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SUMMARY This paper analyzes a pseudo-differential dynamic com-
parator with a dynamic pre-amplifier. The transient gain of a dynamic pre-
amplifier is derived and applied to equations of the thermal noise and the
regeneration time of a comparator. This analysis enhances understanding
of the roles of transistor’s parameters in pre-amplifier’s gain. Based on the
calculated gain, two calibration methods are also analyzed. One is calibra-
tion of a load capacitance and the other is calibration of a bypass current.
The analysis helps designers’ estimation for the accuracy of calibration,
dead-zone of a comparator with a calibration circuit, and the influence of
PVT variation. The analyzed comparator uses 90-nm CMOS technology as
an example and each estimation is compared with simulation results.
key words: dynamic amplifier, dynamic comparator, load capacitance,
bypass current, calibration, and PVT variation

1. Introduction

ADCs are necessary components for baseband systems and
have been mainly studied to reduce their FoMs, which
are one of evaluation indices. Many researches on reduc-
ing FoM — decreasing power consumption, accomplishing
high conversion frequency, and increasing resolution — of
an ADC have been presented [1]. Low FoM can be eas-
ily obtained by low power consumption. In order to get
low power consumption, some parts, especially an opera-
tional amplifier in conventional ADCs, have been removed.
Current ADCs have more simple structures, thus power con-
sumption of ADCs has been reduced only to satisfy physical
limits [2].

A comparator is the essential building block in an ADC
to convert an analog signal into a digital signal. To sup-
press its power dissipation, recently published researches
have used dynamic comparators [3]–[5]. Since current flows
only when they are triggered, they are more power efficient
than comparators dissipating static current. When a com-
parator is as accurate as an ideal comparator which means
no mismatch, there is no need to implement an amplifier
in front of a comparator and power consumption would be
close to the lower boundary satisfying thermal noise condi-
tion. However, mismatch always exists in an actual com-
parator and offset voltage occurs. One of the methods to
reducing mismatch is to make a transistor large [6]. This
method increases parasitic capacitance and power consump-
tion, which is proportional to load capacitance. To sup-
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press mismatch and power consumption, calibration meth-
ods were proposed for dynamic comparators [4], [5]. How-
ever, this topology, an inverter chain, has deficiency, be-
cause, regeneration depends on the gain of an inverter — or
the intrinsic gain of a transistor —, and as process is scaled
down, its accuracy will become worse.

To address this issue, a latch with a dynamic ampli-
fier, whose gain is approximately 5 times in 65-nm process
[7], is proposed by D. Schinkel, et al. in 2007 [8]. This is
called a double-tail latch-type comparator, which attained
high accuracy with low power. However, this requires two
phase of latching clocks. In 2008, We proposed a mod-
ified version of the double-tail latch-type comparator [9].
We removed the tail current of the second stage, which was
triggered by inverse phase of a latching clock, and gener-
ated a trigger signal by using the outputs of a pre-amplifier.
This modification can suppress the influence of skew be-
tween two phases of latching clocks [9] and guarantees the
second stage is turned on after the output of a pre-amplifier
reaches certain voltage. However, both comparators suffer
kick-back noise. To suppress the kick-back noise, in 2010,
a pseudo-differential topology was introduced [10].

Those comparators with calibration circuits should be
analyzed for their characteristics and optimizations. Ther-
mal noise [7], [11]–[15] and mismatch [16] analysis meth-
ods about a dynamic comparator were already reported. In
this paper, calibration methods for the pseudo-differential
dynamic comparator will be analyzed in 90-nm process.
The gain of a dynamic amplifier will also be deduced for
this analysis. This paper is organized as follows: Sect. 2
analyzes the general characteristic of a dynamic amplifier
and a pseudo-differential dynamic comparator. Section 3
and Sect. 4 analyze two conventional calibration methods of
a load capacitance and a bypass current. Two calibration
methods will be compared in Sect. 5 and the analysis will be
concluded in Sect. 6.

2. Comparator under Analysis

Pseudo-differential dynamic comparator will be briefly an-
alyzed in this section. Its schematic is described in Fig. 1.
This comparator is comprised of two stages. The first stage
is a dynamic amplifier, or a pre-amplifier, which integrates
differential input signals as time passes. The second stage
actually performs the regeneration. In this paper, the aspect
ratio of all transistors are designed as 2 μm/100 nm.

Before analyzing the comparator, we describe its tran-
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Fig. 1 Pseudo-differential dynamic comparator [10].

Fig. 2 Transient waveform of the comparator from simulation results
(Vdd = 1.0 V and Vin com = 0.5 V).

sient performance. As shown in Fig. 2, when CLKLatch is
low, M5 and M6 are on while M3 and M4 are off. Here, Vdd

means a supply voltage and Vin com is an input common-
mode voltage. Then, parasitic capacitors on nodes Outp int

and Outn int are charged up to supply voltage. The second
stage is turned off, because M15 and M16 are off. After
CLKLatch becomes high, M3 and M4 are on; while M5 and
M6 are off. Accordingly, electric charge on the node Outp int

and Outn int flows into gnd. Drain currents of M3 and M4 are
determined by input signals of M1 and M2. Differences of
flowing electric charge per time at the nodes Outp int and
Outn int induce a voltage difference at the nodes, and the
voltage difference becomes larger as time passes. If volt-
ages on the node Outp int and Outn int drop sufficiently, then
the second stage regenerates the voltage difference between
node Outp int and Outn int.

Before we address the performance of the compara-
tor, we presume that rising time of CLKLatch is very short
and transistors of M3 and M4 are in the deep triode region
when CLKLatch is high. In actual case, it may be too difficult
to sharpen the slew-rate of CLKLatch. When the slew-rate
of CLKLatch isn’t sufficiently larger than the slew-rate of a
pre-amplifier, the drain current of M1 (or M2) starts to flow
and output voltage of a pre-amplifier drops before CLKLatch

reaches the supply voltage. And M3 (or M4) is first in the

Fig. 3 Simplified schematic of a dynamic amplifier when the CLKLatch

is high.

saturation region and goes to the deep triode region as the
drain current of M1 (or M2) flows down. However, to sim-
plify the analysis, we set the rising time of CLKLatch to 1 ps
as the simulation condition and M3 and M4 are in the deep
triode region when CLKLatch is high.

2.1 Gain of Dynamic Amplifier

Pre-amplifier increases the difference between the differen-
tial input signals. To figure out its gain, Gamp, let us sim-
plify the first stage of dynamic comparator when CLKLatch

is high as depicted in Fig. 3. The output of a pre-amplifier is
described as below;

Vout int = Vdd − IDS

C
t (1)

where IDS is a drain current of the input transistors, C is a to-
tal load capacitance on its output node, and t is a integration
time. When there is no additional capacitor on the output
node, C equals to CPS, a parasitic capacitance induced by
transistors connected to the node. Ideally, when a transis-
tor is in the saturation region, IDS follows the square-law as
shown in Eq. (2);

IDS ideal =
1
2
μCOX

W
L
× V2

eff (2)

Veff ≡ VGS − Vth (3)

where μ is a mobility of charge carriers, COX is a gate ox-
ide capacitance per unit area, W is a channel width, L is
a channel length, VGS is a gate-source voltage, and Vth is
a threshold voltage. However, as process is scaled down,
IDS no longer follows Eq. (2). One of the reasons could be
channel-length modulation [6]. When we consider channel-
length modulation, Eq. (2) is modified as below;

IDS =
1
2
μCOX

W
L

V2
eff (1 + λ (VDS − VDS sat)) (4)

where VDS means a drain-source voltage, VDS sat is a satu-
ration condition of drain-source voltage, which equals Veff ,
and λ indicates a channel-length modulation coefficient.
Figure 4 shows the influence of channel-length modulation.
When M3 (or M4) is in the deep triode region, Vout int which
is a voltage of node Outint can be approximated as the drain
voltage of M1 (or M2). When Vout int is decreased from Vdd

to VDS, an average drain current, IDS, is expressed as below;
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Fig. 4 Influence of channel-length modulation.

IDS =
1

Vdd − VDS

∫ Vdd

VDS

IDSdVDS

= IDS ideal ×
(
1 +
λ

2
(Vdd + VDS − 2 Veff)

)
. (5)

Substituting Eq. (5) into Eq. (1), then the integration time
can be represented as;

t =
(Vdd − VDS) C

IDS

. (6)

Based on the above equations, the gain of pre-amplifier
is deduced. From Eq. (4), a transconductance, gm, and a
signal current due to gm, iDS1, are expressed as below;

gm = μCOX
W
L

Veff (1 + λ (VDS − VDS sat)) (7)

iDS1 = gmvin (8)

where vin is an input signal. As described in Eq. (8), gm

amplifies input signal.
However, there is one more factor affecting the gain

of pre-amplifier, which is λ representing the influence of
channel-length modulation. From Eq. (4), an output con-
ductance, gDS, and a signal current due to gDS, iDS2, are ex-
pressed as below;

gDS =
1
2
μCOX

W
L

V2
effλ (9)

iDS2 = gDSvout (10)

where vout is an output signal integrated on a load capaci-
tor. Substituting Eqs. (5) and (6) into Eq. (1), then an output
differential signal, vout diff , of a pre-amplifier is deduced;

vout diff ≡ Voutp int (t) − Voutn int (t)

= −2 (Vdd − VDS)
Veff

vin diff (11)

where vin diff is an input differential signal, 2vin. Substituting
Eq. (11) into Eq. (10), then

iDS2 = −gDS
2 (Vdd − VDS)

Veff
vin. (12)

As shown in Eq. (12) and Fig. 5, the signal current due to
gDS has the opposite sign of vin and attenuates an integrated
output signal by gm. iDS2 becomes larger as the integrated
output signal increases — or Vout int decreases from Vdd. A

Fig. 5 Effects of gm and gDS on iDS (vin > 0 V).

Fig. 6 Influence of channel-length modulation on iDS (Vdd = 1.0 V, Veff
= 0.2 V, and vin = 1 mV).

total signal current, iDS, is a sum of iDS1 and iDS2.

iDS = iDS1 + iDS2

= μCOX
W
L

Veff (1+λ (2 VDS−Vdd−Veff))×vin (13)

From Eq. (13), as λ decreases — or channel length increases,
the total signal current increases. Figure 6 is simulation re-
sults of Eq. (13). In Fig. 6, the vertical axis is (iDS/IDS). This
is because iDS1 from Eq. (8) also includes the influence of
channel modulation and the channel modulation effect af-
fects iDS1 as the same as IDS. To remove this influence and
to show only influence of gDS, iDS is divided by IDS. In
Fig. 6, (iDS/IDS) is normalized by its maximum value. From
Eq. (1), the horizontal axis of Fig. 6 could be relabeled as
time and then the area of the waveform would be propor-
tional to charges integrated on a load capacitor. Therefore,
as channel length increases, area of the waveform increases
and the gain of pre-amplifier becomes larger. An average
total signal current, iDS, is

iDS =
1
t

∫ t

0
iDSdt =

1
VDS − Vdd

∫ VDS

Vdd

iDSdVDS

= μCOX
W
L

Veff (1 + λ (VDS − Veff)) × vin
= gm(Vout int=VDS)vin. (14)

From Eqs. (1) and (14), a transient gain, Gamp trans, is ex-
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pressed as below;

Gamp trans =
vout

vin
= − iDSt

Cvin
= −2 (Vdd − VDS)

Veff

× 1 + λ (VDS − Veff)

1 + λ2 (Vdd + VDS − 2 Veff)
. (15)

From Eq. (13), if λ is smaller than 1/(Vdd −Veff), iDS always
has the same sign as vin. Thus, in the saturation region and
satisfying this λ condition, |Gamp trans| always increases as
Vout int reaches Veff .

However, when input transistors enter the triode region,
iDS doesn’t always have the same sign as vin. Drain current
in the triode region is

IDS tri =
1
2
μCOX

W
L

(2 Veff − VDS) VDS. (16)

From Eq. (16), a transconductance and an output conduc-
tance in the triode region are

gm tri = μCOX
W
L

(VDS + vout) (17)

gDS tri = μCOX
W
L

((Veff + vin) − (VDS + vout)) (18)

where an input signal and an output signal are considered.
A total signal current in the triode region, iDS tri, is

iDS tri = gm trivin + gDS trivout

= μCOX
W
L

(
(VDS+vout) vin
+ ((Veff+vin)−(VDS+vout)) vout

)
. (19)

Differential value of the total signal current in the triode re-
gion, iDS tri diff , is

iDS tri diff

= iDSp tri − iDSn tri

= μCOX
W
L

⎛⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎜⎝

VDS

(
vinp − vinn

)
+2

(
vinpvoutp − vinnvoutn

)
+ (Veff − VDS)

(
voutp − voutn

)
−

(
v2outp − v2outn

)

⎞⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎟⎠
≈ μCOX

W
L

(VDSvin diff + (Veff − VDS) vout diff)

= μCOX
W
L

(
VDS − (Veff − VDS)

∣∣∣Gamp trans

∣∣∣) vin diff

(20)

|Gamp trans| reaches its maximum value when iDS tri diff be-
comes 0 A and reduces as VDS drops from the value.

iDS tri diff = 0

−→ VDS =
Veff

1 + 1/
∣∣∣Gamp trans

∣∣∣ ≈ Veff (21)

From Eq. (21), the maximum gain is attained when VDS

reaches Veff . Equations (15) and (21) are compared with
simulation results in Fig. 7. In Fig. 7(a), the estimated gain,

Fig. 7 Gain of pre-amplifier (a) Veff = 0.2 V, (b) various Veff , and (c)
various channel length when Veff is 0.2 V.

when input transistors are in the triode region, is also cal-
culated by the gain equation deduced from the saturation
condition. Thus, the difference with the simulation results
becomes large when VDS is smaller than Veff . When Veff is
designed between 0.15 V and 0.35 V, the estimation is valid.
For Veff smaller than 0.15 V, it is close to the sub-threshold
region, and Veff larger than 0.35 V may induce carrier veloc-
ity saturation [6], [17];

μn (eff ) =
μno

1 + η · Veff
(22)

where μno is the low-field surface electron mobility and η is
an empirical coefficient. In both the former and the latter
cases, the drain current doesn’t satisfy Eq. (4). Therefore,
there may be large difference between the estimation and
the simulation results in the above cases.

As shown in Fig. 7(b) and Eq. (15), |Gamp trans| in-
creases as Veff decreases. Compared with an amplifier which
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Fig. 8 Simplified schematic of a pre-amplifier and drain current variation
of input transistors by input common-mode voltage.

consumes static current, this relation is reversed. This is be-
cause, in terms of IDS, a signal proportion of small Veff is
larger than one of large Veff as shown in Fig. 8 [10]. As this
ratio is large — or Veff is small —, integration time relatively
becomes long. Thus, in dynamic amplifier, |Gamp trans| is in-
versely proportional to Veff . A ratio of the signal current to
the drain current is deduced from Eq. (15);

vout ∝ iDS

IDS
=

2vin
Veff
.

(
if λ is ignorable

)
(23)

2.2 Thermal Noise

The gain of pre-amplifier increases signal power of the sec-
ond stage, thus it reduces dead-zone of the comparator.
Thermal noise of a dynamic amplifier was already reported
in recently published papers [7], [11]–[15]. In this section,
we compare simulation results to estimation with Eq. (15).
Assuming an input signal of the second stage is decided
when gain reaches its maximum, integration time and the
gain of pre-amplifier become

t(VDS=Veff ) =
(Vdd − Veff) C

IDS

≡ t1. (24)

Gamp ≡ Gamp trans(VDS=Veff )

= −2 (Vdd − Veff)
Veff

× 1

1 + λ2 (Vdd − Veff)
. (25)

When a time constant, τ1, is sufficiently larger than t1, then
an input-referred thermal noise due to a transistor is ex-
pressed as below;

v2n MOS = 2kTγgm × t1(
C ·Gamp

)2
(26)

τ1 =
C

λIDS ideal
(27)

where k is a Boltzmann constant, T is an ambient tempera-
ture, γ is a noise factor, and gm is an average transconduc-
tance. Substituting Eqs. (24) and (25) into Eq. (26), then

v2n MOS =
2kTγ

C
×

(
1 +
λ

2
(Vdd − Veff)

)
× 1∣∣∣Gamp

∣∣∣ . (28)

An initial noise on the output node also exists and its input-
referred value is expressed as below;

Fig. 9 Influence on thermal noise (a) load capacitance, (b) input
common-mode voltage, and (c) channel length (Vdd = 1.0 V, Vin com =

0.5 V, C = 5CPL, CPL ≈ 10.8 fF, T = 300 K, γ = 2/3, and a number of
the simulation is 500).

v2n initial =
kT
C

exp

(
− t1
τ1

)
× 1

G2
amp
. (29)

Assuming the gain of pre-amplifier is sufficiently large, ther-
mal noise of the second stage may be ignored and the input-
referred thermal noise of the comparator is deduced as be-
low;

v2n =
2kT

C
∣∣∣Gamp

∣∣∣
×

⎛⎜⎜⎜⎜⎜⎝2γ (1+ λ2 (Vdd−Veff)
)
+

1∣∣∣Gamp

∣∣∣ exp

(
− t1
τ1

)⎞⎟⎟⎟⎟⎟⎠ . (30)

From Eq. (30), thermal noise can be modified by load ca-
pacitance and input common-mode voltage. Figure 9 com-
pares the estimation and simulation results when γ is 2/3.
Figure 9(c) shows channel-length modulation decreases the
gain of pre-amplifier and increases the input-referred ther-
mal noise.
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Fig. 10 A division of total regeneration time.

2.3 Regeneration Time

As analyzed in the previous sections, small Veff increases the
gain of pre-amplifier and decreases dead-zone. However,
a regeneration time increases as Veff becomes smaller. For
simplicity, we divide regeneration into three segments as de-
picted in Fig. 10. t1 is the integration time of pre-amplifier,
t2 is the response delay of the second stage, and t3 is the
regeneration time of the second stage. t1 is determined by
Eq. (6) by substituting Veff into VDS. t2 is decided as calcu-
lated results are close to simulation results and the time is set
as 17 ps in this paper. Without this variable, the estimation is
very different from simulation results as shown in reference
[10]. Assuming an inverter chain of the second stage enters
unstable equilibrium after (t1 + t2), t3 is expressed as below
[17], [18];

t3 =
τ2

|Ginv| − 1
× ln

⎛⎜⎜⎜⎜⎜⎜⎝ ΔV

gm M9ro 2nd ×
(∣∣∣Gamp

∣∣∣ vin)
⎞⎟⎟⎟⎟⎟⎟⎠ (31)

where ΔV is a voltage difference between the output volt-
ages of the second stage, Ginv is a low-frequency gain of
each inverter implemented in the second stage, τ2 is a time
constant at the output node of each inverter, gm M9 is a
transconductance of M9 (or M10) in Fig. 1, and ro 2nd is an
output resistance of the second stage. Therefore, total re-
generation time is

treg =
2 (Vdd − Veff) C

IDS

+ t2

+
τ2

|Ginv|−1
×ln

⎛⎜⎜⎜⎜⎜⎜⎝ ΔV

gm M9ro 2nd×
(∣∣∣Gamp

∣∣∣ vin)
⎞⎟⎟⎟⎟⎟⎟⎠. (32)

In Fig. 11, Eq. (32) is compared with simulation results. As
shown in Eq. (32) and Fig. 11, small Veff increases regener-
ation time.

2.4 Mismatch

Although the size of every transistor is the same, mismatch
contribution is different due to their position. Table 1 and

Fig. 11 Regeneration time affected by (a) input common-mode voltage,
(b) load capacitance of the first stage, and (c) input differential signal (Vdd
= 1.0 V, Vin com = 0.5 V, ΔV = 0.9 Vdd, and vin diff = 1 mV).

Table 1 Mismatch contribution of each transistor pair (Vdd = 1.0 V,
Vin com = 0.5 V, and a number of the Monte Carlo simulation is 500).

Fig. 12 show the mismatch contribution of each transistor
pair in the comparator depicted in Fig. 1. Simulation data
demonstrate that offset voltage is dominated by a pair of in-
put transistors. From simulation data, they occupy about
86% of the entire mismatch. Mismatch variation is inversely
proportional to the size of a transistor [6];
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Fig. 12 Mismatch contribution of each transistor pair.

Fig. 13 Calibration effect.

ΔVth ∝ 1√
W · L . (33)

Therefore, by increasing size of the input transistors, offset
voltage may be suppressed without increasing power con-
sumption of the comparator described in Fig. 1. Because its
power consumption, PC, is proportional to load capacitance
of a pre-amplifier and the second stage;

PC ∝ fCV2
dd. (34)

However, this method may significantly increase input par-
asitic capacitance. For example, when we implement a
sample-and-hold circuit in front of the comparator, this input
parasitic capacitance attenuates signal. Consequently, this
may expand the input-referred dead-zone of the comparator.
However, calibration can suppress mismatch despite a small
size as described in Fig. 13. To effectively reduce offset volt-
age, calibration should compensate mismatch induced by a
pair of input transistors. Equation (1) shows that when there
is mismatch due to input transistors, IDS changes from the
designed value and the output of a pre-amplifier also varies
from the ideal value. To compensate the mismatch, calibra-
tion of load capacitance [4], [5] and bypass current [9], [10]
has been commonly selected. In the following sections, we
will discuss the characteristic of each calibration method.

3. Capacitance Calibration

The capacitance calibration [4], [5] changes load capaci-
tance where a signal is integrated as depicted in Fig. 14 [19].
In Fig. 14, transistors of DDummy and DBDummy are imple-
mented for analysis, and their number of unit transistor is

Fig. 14 A pre-amplifier with calibration capacitors attached on output
nodes.

Fig. 15 Error reduction by a slew-rate calibration on the output nodes of
a pre-amplifier (a) before calibration and (b) after calibration (in both cases,
a differential input signal is 0 V).

1. Without these transistors, offset voltage doesn’t become
0 V when a calibration code is in the middle of its maximum
code. In actual design, these transistors are not required.
The capacitance of a PMOS capacitor varies whether tran-
sistor is turned on or off, and this calibration uses the dif-
ference between the capacitance of the two states. From
Eq. (1), the slew rate, IDS/C, is inversely proportional to load
capacitance. When the calibration is conducted, these slew
rates become closer together and the offset voltage is com-
pensated as described in Fig. 15.

3.1 Input-Referred Compensated Voltage

Based on Eq. (1), let us estimate the input-referred compen-
sated voltage of the capacitance calibration. First, differen-
tiate Eq. (1) with respect to capacitance;

dVout int

dC
=

IDS

C2
t1. (35)
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Substituting Eq. (6) into Eq. (35), then

dVout int

dC
=

Vdd − Veff

C
(36)

From Eqs. (25) and (36), an input-referred variation is de-
duced as below;(

dVout int

dC

)
input−referred

= −Veff

2C
×
(
1+
λ

2
(Vdd−Veff)

)
≡A1

(37)

vin cal ≡ A1ΔCcal (38)

where ΔCcal is a changed capacitance by calibration code
and vin cal is an input-referred compensated voltage due to
ΔCcal. The load capacitance, C, in Eq. (37) differs between
calibration codes.

vin cal = A1C ×
∫ NCode

2Ncal−1

Cd

C + Cd
(
NCode − 2Ncal−1

)dNCode

(Cd ≡ Con −Coff) (39)

where Con and Coff are capacitances of a unit-sized transistor
capacitor which is turned on and off, respectively; NCode is a
calibration code; and Ncal is a calibration resolution. The
input-referred compensated voltage is calculated by con-
ducting integration of Eq. (39) with respect to capacitance.

vinp cal ≡ A1C × ln
(
1 +

Cd

C

(
NCode − 2Ncal−1

))
(40)

vinn cal ≡ A1C × ln
(
1 − Cd

C

(
NCode − 2Ncal−1

))
(41)

vin diff cal ≡ vinp cal − vinn cal

= A1C × ln

⎛⎜⎜⎜⎜⎜⎜⎝C + Cd

(
NCode − 2Ncal−1

)
C −Cd

(
NCode − 2Ncal−1

)
⎞⎟⎟⎟⎟⎟⎟⎠ (42)

The input-referred compensated voltage of Eq. (42) is a lit-
tle bit complicated. Assuming the load capacitance doesn’t
vary from the capacitance when calibration code is in the
middle of its maximum code, the input-referred compen-
sated voltage can be simplified.

vinp cal = A1 ×
(
NCode − 2Ncal−1

)
Cd (43)

vinn cal = −A1 ×
(
NCode − 2Ncal−1

)
Cd (44)

vin diff cal = 2A1 ×
(
NCode − 2Ncal−1

)
Cd (45)

Estimations of Eqs. (42) and (45) are almost the same and
Fig. 16 compares Eq. (45) with simulation results.

3.2 Mismatch

Every component has mismatch, thus PMOS capacitors for
calibration also induce offset voltage. Assuming calibration
code, NCode, is at the center which is 2Ncal−1, let us deduce
an offset voltage, σV Ccal, due to the calibration capacitors.
From the Eq. (38), offset voltage is

σV Ccal = |A1|σC Ccal (46)

Fig. 16 Input-referred compensated voltage by the capacitance calibra-
tion (Vdd = 1.0 V, Vin com = 0.5 V, calibration resolution is 6 bits, and unit
PMOS capacitor size is W/L = 600 nm/100 nm).

Fig. 17 A number of finger versus capacitance mismatch (unit PMOS
capacitor size is W/L = 600 nm/100 nm and a number of the Monte Carlo
simulation is 100).

σ2
C Ccal
≡ σ2

C Ccalp
+ σ2

C Ccaln
(47)

where σC Ccalp is a capacitance mismatch due to calibration
capacitors in positive side, σC Ccaln is a capacitance mis-
match due to calibration capacitors in negative side, and
σC Ccal is a total capacitance mismatch caused by calibration
capacitors attached on both sides. Assuming each PMOS
capacitor, whose digital code D[i] is the same, is located as
close as finger structure, then their mismatch will be cor-
related. These simulation results are shown in Fig. 17. In
Fig. 17, standard deviation of capacitance is normalized by
standard deviation of a unit PMOS capacitor which is turned
on, σC on. When calibration code is at its center, σC Ccal p

and σC Ccal n are written as follow;

σ2
C Calp = σ

2
C off + (2σC off)2 + (4σC off)2

+ · · · +
(
2Nc−2σC off

)2
+

(
2Nc−1σC on

)2
+ σ2

C off (48)

σ2
C Caln = σ

2
C on + (2σC on)2 + (4σC on)2

+ · · · +
(
2Nc−2σC on

)2
+

(
2Nc−1σC off

)2
+ σ2

C on (49)

where σC on and σC off are standard deviations of unit
PMOS capacitances which are turned on and off, respec-
tively. From Eqs. (48) and (49), the offset voltage due to the
calibration capacitors is derived.

σ2
C Cal =

(
2
3
+

4Ncal

3

)
×

(
σ2

C on + σ
2
C off

)
(50)

σV Ccal = |A1| ×
√(

2
3
+

4Ncal

3

)
×

(
σ2

C on + σ
2
C off

)
(51)
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Fig. 18 σV Ccal due to the capacitance calibration (Vdd = 1.0 V, Vin com

= 0.5 V, unit PMOS capacitor size is W/L = 600 nm/100 nm, and a number
of the Monte Carlo simulation is 500).

Comparison between Eq. (51) and simulation results is
shown in Fig. 18. Assuming resolution of the capacitance
calibration is 6 bits, σV Ccal is about 0.758 mV from the es-
timation. From the simulation results of Table 1, the offset
voltage of a comparator is about 9.85 mV. Then, the offset
voltage of a comparator with the capacitance calibration will
be 9.89 mV, and this value is almost the same as the Monte
Carlo simulation results of 9.88 mV. Compared with the off-
set voltage of a comparator, offset voltage induced by the
capacitance calibration is negligible.

3.3 Thermal Noise

The capacitance calibration has robustness about thermal
noise. Additional load capacitance reduces thermal noise of
a pre-amplifier and initial noise. From Eq. (30), when Vdd is
1.0 V; Vin com is 0.5 V; a unit PMOS capacitor size is W/L =
600 nm/100 nm; and calibration resolution is 6 bits, thermal
noise, vn (σ), is estimated to be 0.288 mV — from the sim-
ulation data, thermal noise was 0.259 mV. The capacitance
calibration reduces thermal noise power by 85.9% from the
value without the capacitance calibration.

3.4 PVT Variation

If circuits are implemented on a chip, their performance is
affected by circumstances such as a process variation, a volt-
age fluctuation, and a temperature change. These are called
PVT variation. They degrade compensation accuracy if the
surrounding condition is varied after calibration was con-
ducted. Influence of process is fixed in the factory and this
doesn’t affect the offset after calibration. In this section,
only voltage fluctuation and temperature change are consid-
ered.

From Eq. (25), Gamp is decided by a ratio of Vdd to Veff

and λ. If temperature is changed, then Vth and λ are var-
ied. Influence of voltage fluctuation on Gamp is easy to un-
derstand. In Eq. (45), A1 is inversely proportional to Gamp,
thus input-referred compensated voltages also change and
the variation differs in each calibration code. If an error due
to PVT variation, σV PVT, is uncorrelated with an offset af-
ter calibration, σV offset0, then a total offset voltage, σV offset,
can be expressed as

σ2
V offset = σ

2
V offset0 + σ

2
V PVT. (52)

From Eq. (45), if input common-mode voltage, Vin com, is
fluctuated, then

Δvin diff cal =
dvin diff cal

dVin com
× ΔVin com

= 2 |A1|×
⎛⎜⎜⎜⎜⎜⎝ΔVeff

Veff
+

(Vdd−Veff) Δλ2 − λ2ΔVeff

1+ λ2 (Vdd−Veff)

⎞⎟⎟⎟⎟⎟⎠
×

(
NCode − 2Ncal−1

)
Cd. (53)

From Eq. (53), when a standard deviation of calibration code
is σCode, errors due to changes of Veff , λ, and (Vdd −Veff) are
expressed as

Error due to Veff = 2 |A1| × ΔVeff

Veff
×CdσCode (54)

Error due to λ=2 |A1|×
(Vdd−Veff) Δλ2

1+ λ2 (Vdd−Veff)
×CdσCode (55)

Error due to (Vdd − Veff)

= 2 |A1| ×
− λ2ΔVeff

1 + λ2 (Vdd − Veff)
×CdσCode. (56)

If variations of Veff and λ are uncorrelated, then σV PVT due
to input common-mode voltage, σV PVT Vcom, is deduced as
below;

σV PVT VCOM

= 2 |A1|
√(
ΔVeff

Veff
− λΔVeff

2+λ (Vdd−Veff)

)2

+

(
(Vdd−Veff)Δλ

2+λ (Vdd−Veff)

)2

× CdσCode. (57)

If supply voltage, Vdd, is fluctuated, then σV PVT due to sup-
ply voltage, σV PVT Vdd, is

σV PVT Vdd=2 |A1|×
√(

λΔVdd

2+λ (Vdd−Veff)

)2

×CdσCode. (58)

If temperature is fluctuated, then σV PVT due to temperature,
σV PVT T, is

σV PVT T

=2 |A1|
√(
−ΔVth

Veff
+

λΔVth

2+λ (Vdd−Veff)

)2

+

(
(Vdd−Veff)Δλ

2+λ (Vdd−Veff)

)2

×CdσCode. (59)

Figure 19 compares the estimation with simulation results.
Calibration is conducted when Vdd is 1.0 V, Vin com is 0.5 V,
and T is 27◦C. Figure 19 also shows SNDR decrease which
is calculated from estimated σV offset. Assuming an input
signal is a sine wave and the architecture of an ADC is flash,
SNDR decrease is expressed as

SNDR = 10 log

⎛⎜⎜⎜⎜⎜⎜⎜⎜⎝
(
2NVq/

(
2
√

2
))2

V2
q/12 + σ2

V

⎞⎟⎟⎟⎟⎟⎟⎟⎟⎠



PAIK et al.: AN ANALYSIS ON A DYNAMIC AMP. AND CALIBRATION METHODS
465

Fig. 19 Influence of PVT variation on the capacitance calibration (a) in-
put common-mode voltage, (b) supply voltage, and (c) temperature (1 LSB
= 4.5 mV and a number of the Monte Carlo simulation is 500).

= SQNR − 10 log

⎛⎜⎜⎜⎜⎝1 + 12
V2

q
σ2

V

⎞⎟⎟⎟⎟⎠
−→ SNDRdecrease = −10 log

⎛⎜⎜⎜⎜⎝1 + 12
V2

q
σ2

V

⎞⎟⎟⎟⎟⎠ (60)

where N is resolution of an ADC and Vq is 1 LSB. In Fig. 19,
Vq is supposed to be three times of the least changeable volt-
age in calibration which equals 4.5 mV. From the estimation
and the simulation results, if input common-mode voltage is
varied about 60 mV or temperature is changed from 27◦C to
120◦C, ENOB will decrease about 1 bit.

3.5 Limitations

Input-referred compensated voltage of 1 LSB and calibra-
tion range are limited by Con, Coff , and calibration resolu-
tion. From Eq. (45), input-referred compensated voltage of

1 LSB is

vin diff cal 1LSB = 2 |A1|Cd

= Veff ×
(
1 +
λ

2
(Vdd − Veff)

)
× Con − Coff

CPL + 2Ncal−1 × (Con +Coff)
(61)

and the maximum calibration range is

vin diff cal max = lim
Ncal→∞

2 |A1|
(
2Ncal−1Cd

)
= Veff ×

(
1 +
λ

2
(Vdd − Veff)

)
× Con − Coff

Con + Coff
(62)

If a unit PMOS capacitor size is W/L = 600 nm/100 nm,
the maximum calibration range is ±52.6 mV. When a unit
PMOS capacitor size is W/L = 600 nm/100 nm and calibra-
tion resolution is 6 bits, the input-referred compensated volt-
age of 1 LSB is about 1.44 mV and the calibration range
reaches 5 times of σV offset including mismatch due to the
capacitance calibration. And, in this condition, the capaci-
tance calibration increases load capacitance by 77.6 fF.

In the capacitance calibration, additional load capac-
itance delays regeneration time and increases power con-
sumption as shown in Eqs. (32) and (34). In Sect. 5, Table 2
compares those indices based on simulation results.

4. Current Calibration

The current calibration [9], [10] changes the drain current of
a pre-amplifier by adding additional transistors, as described
in Fig. 20. From Eq. (1), the slew rate is proportional to the
drain current. When calibration is conducted, the slew rates
become closer to each other and the offset voltage is com-
pensated as described in Fig. 15. To generate the gate volt-
age of a bypass transistor, a charge pump [9], [10] or a resis-
tor string can be selected.

4.1 Gain of Dynamic Amplifier

Bypass transistors flow additional drain current, thus gain
differs from Eq. (15) due to the additional transistors. gDS,
vout diff , and the integration time differ from Eqs. (6), (9), and
(11);

t =
(Vdd − VDS) C

IDS in + IDS cal

(63)

gDS = gDS in + gDS cal (64)

vout diff = −2 (Vdd − VDS)
Veff

× IDS in

IDS in + IDS cal

vin diff (65)

where variables with subscripts “in” and “cal” are parame-
ters of an input transistor and parameters of a bypass tran-
sistor, respectively. A total signal current is

iDS = gm invin + (gDS in + gDS cal) vout. (66)
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Fig. 20 A pre-amplifter with the current calibration.

Substituting Eqs. (63) and (66) into Eq. (15), then

Gamp trans = −2 (Vdd − VDS)
Veff in

×
⎛⎜⎜⎜⎜⎜⎜⎝1 − (gDS in + gDS cal) × (Vdd − VDS)

2
(
IDS in + IDS cal

)
⎞⎟⎟⎟⎟⎟⎟⎠

× IDS in

IDS in + IDS cal

. (67)

If channel length and VGS of an input transistor and a bypass
transistor are the same, then Eq. (67) is reduced as below;

Gamp trans = −2 (Vdd − VDS)
Veff in

× 1+λ (VDS−Veff)

1+ λ2 (Vdd+VDS−2Veff)
× Win

Win+Wcal
. (68)

Compared with Eq. (15), gain is decreased in the current cal-
ibration. This is because the drain current of the calibration
transistor doesn’t amplify signal. Comparison between the
estimation and simulation results are shown in Fig. 21.

4.2 Input-Referred Compensated Voltage

Input-referred compensated voltage of the current calibra-
tion is estimated by using Eq. (67). This equation means
how large signal portion of an input transistor amplifies
when signal portion of a bypass transistor is 0 V. Conducting
the same calculation, small signal ratio of output to calibra-
tion input is

Gamp cal trans = −2 (Vdd − VDS)
Veff call

×
⎛⎜⎜⎜⎜⎜⎜⎝1− (gDS in+gDS cal)×(Vdd−VDS)

2
(
IDS in+IDS cal

)
⎞⎟⎟⎟⎟⎟⎟⎠

× IDS cal

IDS in + IDS cal

. (69)

When a step size of compensating voltage is vd, then

vin diff cal ≡
Gamp cal

Gamp

(
NCode − 2Ncal−1

)
vd. (70)

λ differs as VGS varies. If λ of an input transistor and λ of
a bypass transistor are close to each other, then we could
figure out VDS where Gamp trans becomes its maximum value

Fig. 21 Gain of pre-amplifier with bypass transistors (a) various channel
length of a bypass transistor and (b) various Veff call (Vdd = 1.0 V and Veff =

Veff call = 0.2 V, and (W/L)cal = 2 μm/100 nm).

as shown in Eq. (21). Based on the assumption, an input
transistor and a bypass transistor could be substituted with
an equivalent transistor whose effective VGS is Veff c;

1
2

(
(μCOX)in

(W
L

)
in
+ (μCOX)cal

(W
L

)
cal

)
V2

eff c

≡ IDS in ideal + IDS cal ideal (71)

Veff c=

√√√√ (μCOX)in

(
W
L

)
in
V2

eff in+(μCOX)cal

(
W
L

)
cal

V2
eff call

(μCOX)in

(
W
L

)
in
+(μCOX)cal

(
W
L

)
cal

. (72)

Substituting Eq. (72) into Eqs. (67) and (69), Gamp and
Gamp cal of the current calibration are calculated and Eq. (70)
becomes

vin diff cal ≈ gm cal

gm in

(
NCode − 2Ncal−1

)
vd. (73)

Figure 22 compares the estimation with simulation results.
Input-referred compensated voltage of 1 LSB is designed
as 1.5 mV. To cover 5σ, calibration resolution is set as
7 bits. Under the condition of Fig. 22, vd is calculated as
about 4.06 mV. However, to match the simulation results, vd
should be 4.42 mV and this error causes gradient difference
between the estimation and the simulation results in Fig. 22.

4.3 Mismatch

A bypass transistor induces mismatch and increases offset



PAIK et al.: AN ANALYSIS ON A DYNAMIC AMP. AND CALIBRATION METHODS
467

Fig. 22 Input-referred compensated voltage by the current calibra-
tion (Vdd = 1.0 V, Vcom in = 0.5 V, Vcom cal = 0.4 V, and (W/L)cal =

1 μm/100 nm).

Fig. 23 σV Ical due to the current calibration (Vdd = 1.0 V, Vin com =

0.5 V, (W/L)cal = 1 μm/100 nm, and a number of the Monte Carlo simu-
lation is 500).

voltage. Assuming vcal diff is 0 V, let’s deduce an offset volt-
age, σV Ical, due to a pair of calibration transistors. From
Eq. (73), offset voltage is

σV Ical =
gm cal

gm in
σV Ical mis (74)

where σV Ical mis is a mismatch of bypass transistors. Fig-
ure 23 shows the comparison between Eq. (74) and simula-
tion results.

4.4 Thermal Noise

A bypass transistor not only induces thermal noise but also
decreases the gain of pre-amplifier, thus expands dead-zone.
Input-referred thermal noise due to an input transistor and a
calibration transistor is expressed as below;

v2n MOS ≡ v2n MOS in + v
2
n MOS cal

=
2kTγ

C
∣∣∣Gamp

∣∣∣
(
1 +
gm cal

gm in

)

×
⎛⎜⎜⎜⎜⎜⎜⎝1− (gDS in+gDS cal)×(Vdd−Veff c)

2
(
IDS in+IDS cal

)
⎞⎟⎟⎟⎟⎟⎟⎠
−1

(75)

In the initial noise of Eq. (29), time constant is changed due
to a bypass transistor;

τ2 =
C

λIDS ideal + λcalIDS cal ideal
(76)

Fig. 24 Input-referred thermal noise with the current calibration (a) in-
fluence of input common-mode voltage and (b) influence of channel width
of a bypass transistor (Vdd = 1.0 V, Vin com = Vin com cal = 0.5 V, (W/L)cal

= 1 μm/100 nm, C = 5CPL, T = 300 K, γ = 2/3, and a number of the simu-
lation is 500).

Assuming the gain of pre-amplifier is sufficiently large, ther-
mal noise of the second stage may be ignored. Conse-
quently, the input-referred thermal noise of the current cali-
bration is deduced as below;

v2n =
4kTγ

C
∣∣∣Gamp

∣∣∣
(
1 +
gm cal

gm in

)

×
⎛⎜⎜⎜⎜⎜⎜⎝1 − (gDS in + gDS cal) × (Vdd − Veff c)

2
(
IDS in + IDS cal

)
⎞⎟⎟⎟⎟⎟⎟⎠
−1

+
2kT

CG2
amp

exp

(
− t1
τ2

)
(77)

Figures 24 compares the estimation with simulation re-
sults.

The current calibration can reduce regeneration time
due to the drain current of a bypass transistor. However,
additional transistors attenuate a ratio of the signal current
to the drain current expressed in Eq. (23), and the results are
shown in Fig. 21. The additional transistors also increase
dead-zone as shown in Fig. 24.

4.5 PVT Variation

PVT variation degrades compensation accuracy. In this sec-
tion, only voltage fluctuation and temperature change are
considered.

From Eq. (73), compensated voltage will be varied
as voltage and temperature are changed. This is because
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Fig. 25 Influence of PVT variation on the current calibration. (a) input common-mode voltage of
input transistors, (b) input common-mode voltage of bypass transistors, (c) supply voltage, and (d)
temperature (1 LSB = 4.5 mV and a number of the Monte Carlo simulation is 500).

transconductances of an input transistor and a bypass tran-
sistor are affected by those variation. Thus, input-referred
compensated voltages also change and the variation differs
in each vcal diff . From Eq. (73), σV PVT is

σV PVT=
gm cal

gm in
×
√(
Δgm cal

gm cal
−Δgm in

gm in

)2

×vdσcode. (78)

Figure 25 compares the estimation with simulation results.
Calibration is conducted when Vdd is 1.0 V, Vin com is 0.5 V,
Vin com cal is 0.4 V, (W/L)cal is 1 μm/100 nm, and T is 27◦C.
Figure 25 also shows SNDR decrease, which is calculated
from estimated σV offset.

5. Comparison

In Table 2, two calibration methods are compared. Compari-
son criteria are the same step size of input-referred compen-
sated voltage and covering a range of 5σV offset. Thus, for
the comparison, the capacitance calibration is set as 6 bits
and a unit PMOS capacitor is sized as W/L = 600 nm/100 nm
when input common-mode voltage is 0.5 V. In the cur-
rent calibration, size of a bypass transistor is designed as
W/L = 1 μm/100 nm. This is because, a narrow width in-
creases mismatch and is hard to cover a calibration range
of 5σV offset, and a wide width increases thermal noise.
When (W/L)cal is designed as 1 μm/100 nm, as expressed in
Eqs. (33), (74), and (75), input-referred offset voltage and
thermal noise voltage caused by bypass transistors are 1/

√
2

Table 2 Comparison of the calibration methods.

of those caused by input transistors, respectively. To sup-
press influence of PVT variation as addressed in Sect. 4.5,
input common-mode voltage of a bypass transistor is set as
the same voltage of an input transistor.

In the maximum available range, the current calibra-
tion can compensate wider range than the capacitance cal-
ibration. From Eqs. (62) and (73), the maximum available
range of each calibration method is calculated. When the
influence of λ is negligible in the capacitance calibration, its
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maximum range is expressed as

vin diff cal max ≈ Con − Coff

Con + Coff
× Veff . (79)

When Vin com and Vin com cal are the same in the current cal-
ibration, its maximum range is expressed as

vin diff cal max ≈ Wcal

Win
× Veff . (80)

In the above condition, Wcal/Win is larger than (Con −
Coff)/(Con +Coff).

6. Conclusions

This work analyzed a dynamic amplifier and a pseudo-
differential dynamic comparator with calibration circuits.
The analyzed comparator uses 90-nm CMOS process as an
example. The gain of dynamic amplifier was expressed by
a ratio of Vdd to Veff and λ of an input transistor. The esti-
mations thoroughly explained the influences of each param-
eters and were compared with simulation results. Based on
the deduced gain, the capacitance calibration and the current
calibration were analyzed. Two calibration methods have
different pros and cons. The capacitance calibration has a
narrower dead-zone, but a slower response speed. By us-
ing back-ground calibration, the capacitance calibration can
become more tolerant to PVT variation. The current cali-
bration is faster and more robust to in PVT variation if input
common-mode voltages of the input transistors and the by-
pass transistors are the same. The dead-zone of the current
calibration can be reduced by increasing the load capaci-
tance of a pre-amplifier.
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