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Abstract  

This paper reviews and discusses the current status and 

future prospect of analog and RF VLSI design, focusing on the 

millimeter wave RF circuits and ADCs. With the scaling of 

CMOS technology, fT and fmax are increased. Using an 

advanced CMOS process and techniques such as the negative 

capacitance, the gain flattening, the accurate impedance 

matching using transmission lines, and the injection locking, a 

60 GHz CMOS transceiver is realized. It attains 16 Gbps data 

transmission with the 16 QAM modulation. A dynamic 

comparator using a dynamic pre-amplifier with capacitive 

digital offset voltage compensation realizes a small mismatch 

voltage, low noise, low power, and low voltage operation 

without any static current. Flash ADCs and SAR ADCs using 

dynamic comparators have progressed. The SAR ADC can 

realize a very low energy conversion, however it has an 

essential issue caused by a CDAC for the high resolution ADC 

design. The interpolation method can ease the gain 

requirement for OpAmp in pipelined ADCs. The 

interconnection structure should be considered to realize low 

loss transmission lines and high density and large capacitance 

ratio MOM capacitors. 

  

RF circuit design 

A continuous channel length reduction by the technology 

scaling has increased the fT and fmax of a MOS transistor (Fig. 

1). The current available fmax of a MOS transistor reaches 300 

GHz, and the high frequency operation of millimeter wave, e.g. 

60 GHz [1] and THz range [2], have been attained. 

We have realized a CMOS 60 GHz direct-conversion 

transceiver using 65 nm and 40 nm CMOS devices (Fig. 2) 

and attained an all-channel 7 Gbps data transmission using the 

16 QAM modulation with a small power consumption [1]. The 

highest data rate of 16 Gbps has been achieved (Fig. 3). The 

maximum gain, Gmax, and the minimum noise figure, NF, can 

be expressed as, 
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where fc is the carrier frequency, gm is the transconductance, 

and Rg and Rs are the gate resistance and the source resistance, 

respectively. An essential RF circuit design method is therefore 

to draw the ultimate potential from the transistors by accurate 

and low loss impedance matching. Capacitance compensation 

by using negative capacitance in a differential circuit is an 

effective method to increase the amplifier’s gain at high 

frequency operation (Fig. 4). In addition, an accurate device 

modeling, such as the de-embedding method, and a good 

decoupling circuit are vital. The 16 QAM modulation can 

increase the data rate twice compared with a conventional 

QPSK modulation for the same signal bandwidth. However, 

any gain fluctuation over the wide frequency range causes 

interference between the signals and degrades the constellation. 

This ultimately increases the bit error rate for the QAM signal 

(Fig. 5). Therefore, the center frequency of each resonator in 

the cascaded amplifiers should be well controlled by matching 

the impedance accurately. We use transmission lines for 

impedance matching due to its accurate parameters and high 

scalability over the distance.  

The other important design point to realize the 16 QAM 

modulation is to reduce the phase noise of the I/Q VCOs. The 

QPSK modulation doesn’t require low phase noise so much; 

however, lower phase noise, e.g. less than -90 dBc/Hz at 1 

MHz, is required for 16 QAM modulation (Fig. 6). It is quite 

difficult to realize a low phase noise 60 GHz I/Q VCO due to 

the low quality factor. Furthermore a wide frequency range of 

9 GHz should be realized to address the 4 channel selections. 

We used 60 GHz I/Q VCOs with an injection locking 

technique from a 20 GHz PLL [3]. A CMOS VCO exhibits the 

minimum phase noise at around 20 GHz and it is not so 
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difficult to realize the tuning range of 3 GHz without a serious 

degradation of phase noise. The phase noise of the injection 

locked oscillator, PNILO, is expressed as, 

 

   (3) 

 

where PNINJ is the phase noise of the injection oscillator and N 

is the ratio between the frequencies. N is three in this case and 

a degradation of 9.5 dB is suffered. We have realized a 

sufficiently low phase noise of -95 dBc at 1 MHz for the 60 

GHz I/Q VCOs, which is 20 dB superior than the previous 

work [4] and opens a new vista to the direct conversion and 

the use of 16 QAM to increase the data rate twice compared 

with the conventional QPSK method for 60 GHz transceivers 

(Fig. 7). 

 The injection locking method is a powerful technique not 

only to suppress the phase noise of high frequency VCOs and 

ring VCOs, but also to increase the operating frequency of 

frequency dividers. However a fine frequency tuning 

technique for VCO is required. This is because the locking 

frequency range, fL is 

 

(4) 

 

where fo is the native oscillation frequency, 

Q is the quality factor, and Iinj and Iosc are the injection current 

and oscillating current, respectively. Furthermore, the I/Q 

phase mismatch is caused by the frequency deviation between 

the native oscillation frequency, fo and the injection frequency, 

finj. The phaseφ between the injected oscillation signal and the 

injection signal can be expressed as,   

    

  

(5). 

 

The fine frequency tuning resolution of 30 MHz for 60 GHz 

oscillation (0.05%) is required to attain 1 degree phase 

adjustment.   

In the future, fT and fmax and the performances of the high 

frequency circuits, e.g. NF, gain, and phase noise, will 

progress and the power consumption will be reduced. 

Furthermore, the total system integration to combine the RF 

and the baseband circuit will be realized to reduce the total 

system cost. However the interconnection structure should be 

addressed to realize a low loss transmission line (Fig. 8). The 

attenuation factor of the transmission line is, 

 

 

 

(6). 

 

Therefore, thinner and lower height interconnection increases 

the transmission loss. Also, PMOS devices will be used to 

form the complementary amplifiers to improve the power 

efficiency. However, the HCI reliability of CMOS transistors 

will become more serious and the operating voltage should be 

lowered. This however reduces the RF power and decreases 

the power efficiency.  

 

ADC design     
An ADC is essentially required for almost all the systems 

and sometimes it causes a bottle neck of the system 
performance. For example, an ultimate data rate of 
communication system, Cmax can be given by the modification 
of Shannon’s theorem. 

 

(7) 
 

where, fs is a conversion frequency and N is the resolution of 
the ADC. Therefore, a high speed and high resolution ADC is 
essentially required for high data rate communications. 
ADCs have different architectures (Fig. 9) and suitable 

performance areas [5] (Fig. 10) and can be classified into the 
comparator-based ADCs and the OpAmp-based ADCs. The 
flash ADC and the SAR (Successive Approximation Register) 
ADC are the comparator-based ADCs that do not require 
OpAmps and are suitable for low resolution conversion. The 
flash ADC realizes an ultra-high speed conversion and the 
SAR ADC realizes an ultra-low energy conversion. The 
pipelined ADC and the sigma-delta ADC are the 
OpAmp-based ADCs that require OpAmps. The pipelined 
ADC is suitable for a moderate resolution and high speed 
conversion and the sigma-delta ADC is suitable for low speed 
yet very high resolution conversion. The technology scaling 
decreases the operating voltage and the amplifier gain. This 
makes the OpAmp design more difficult. Therefore, the 
comparator-based ADCs are more suitable for the scaled 
CMOS technology. 
An ADC needs a sampling circuit and it determines the 

fundamental energy consumption for a given resolution, N, as 
follows [6]. 

 
(8) 
 

However, an ADC needs a comparison process and it also 
consumes energy [7]. The energy consumption of an ADC 
becomes, 

 
(9) 
 

Fig. 11 plots the recent published ADCs on the plane of the 
resolution vs. the consumed energy. It also shows Esample and 
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EADC shown in (8) and (9). 
The energy consumption of current ADCs of which resolution 

is higher than 9 bits is reaching 10x of the fundamental limit. 
However, a larger gap exists for the lower resolution ADCs. It 
can be supposed that the energy consumption is not 
determined by the fundamental thermal noise limitation, but 
determined by the peripheral circuits such as logic gates, clock 
buffers, interconnections, and reference circuits.  
A dynamic comparator that does not consume any static 

power is currently used (Fig. 12) [8]. An offset voltage 
mismatch between the comparators determines the effective 
resolution of the flash ADCs. Transistors M1 and M2 determine 
the mismatch and a larger gate size is required to reduce the 
mismatch; however, this results in an increase of power 
consumption (Fig. 13). Hence, the digital mismatch 
compensation should be used. The mismatch voltage change is 
described by the following, 

 

(10) 

 

where Veff is the effective gate voltage (=VGS-VT), CL is the 

load capacitance, and ID is the drain current of M1 and M2. The 

compensation techniques generally fall into two categories: the 

change of the drain current using extra transistors or the 

change of the load capacitance. We used a small size CDAC 

with an up-down counter to reduce the mismatch from about 

70 mVpp to 6 mVpp (Fig. 14). Very small MOM (Metal Oxide 

Metal) capacitor (~0.1 fF) is very useful. Fig. 15 shows a 5 bit, 

2.3 GSps flash ADC for the analog baseband of the 60 GHz 

transceiver [9]. It consumes only 12 mW and occupies 0.06 

mm2 in a 40 nm CMOS. This proposed comparator can operate 

at 0.5 V with a forward body bias technique because of the 

small number of transistor stacks. A 0.5 V, 5 bit flash ADC has 

been developed in 90nm CMOS and exhibits a very low power 

consumption of 1.2 mW (160 fJ) at 600 MSps [10].  

 The pipelined ADCs and the sigma-delta ADCs 

conventionally require small mismatch and large capacitance 

(>1pF) and a MIM capacitor has been developed to address 

this requirements. In contrast, SAR ADCs require a large 

capacitor ratio (> 2N-2: N=# of bits) for the capacitors and very 

small capacitance (<1 fF) is needed. The MOM capacitor is 

suitable since the capacitance can be adjusted by adjusting the 

length of the finger. Furthermore, the density of the MOM 

capacitor increases with technology scaling. On the other hand, 

the MIM capacitor’s density cannot be increased (Fig. 16). The 

mismatch of the MOM capacitor is larger; however it can be 

corrected by using small capacitance with digital calibration 

circuits. The comparator noise should be suppressed for SAR 

ADC to increase the SNR. A conventional latch circuit 

generates large noise and this limits the SNR. Thus, we 

introduced a dynamic amplifier followed by a CMOS 

amplifier to reduce the thermal noise [8]. As a result, the noise 

voltage and the noise power become 1/3 and 1/9, respectively 

(Fig. 17). The input referred noise voltage is, 

 

(11) 

 

where γ  is the noise factor, VDD is the supply voltage [7]. 

A larger load capacitance is required to suppress the noise 

and the lower VDD increases the noise.  

 The SAR ADC has an essential advantage for low energy 

operation, since it require only a CDAC, a dynamic 

comparator, switches, and logic gate and those circuits don’t 

consume any static power. A conventional issue that causes 

non-linearity is the mismatch of the capacitors; however those 

mismatches can be corrected by the digital compensation 

techniques. However the CDAC and a reference voltage circuit 

causes another non-linearity issue and a noise issue. Figure 18 

shows the equivalent circuit for the reference voltage circuit 

and the CDAC during the comparison bit-cycle phase. The 

load capacitance to the reference circuit varies with 

capacitance selection ratio α  and it fluctuates the effective 

reference voltage and causes the non-linearity. Furthermore, 

the resistance component of the circuits generates thermal 

noise and if the α reaches unity and the capacitance to the 

ground at the input node of the comparator is decreased to 

nearly zero, the noise voltage increases so much since the 

noise bandwidth increases so much. However, the dynamic 

comparator acts as a low pass filter to suppress the noise.  If 

td is the signal delay time to integrate the current of the 

comparator, the noise bandwidth, fbn is, 

 

(12). 

    

Therefore, the noise can be suppressed by increasing the 

signal delay time, however this results in decreasing the 

conversion speed.  

A high gain OpAmp (>80 dB), which is required for the 

pipelined ADC, is not promising with the technology scaling. 

Therefore, the interpolated pipeline ADC (Fig. 19), which does 

not require any high gain OpAmps has been proposed [11], 

[12]. An accurate voltage pair can be composed by the 

interpolation method from the amplified signals by a pair of 

low gain (~4x) amplifiers. No accurate absolute gain is 

required; only a small relative gain mismatch is required to 

satisfy the linearity of the ADC. The small relative gain 

mismatch is not so difficult to obtain in IC technology and can 

be suppressed by the digital error correction. 

 The sigma-delta ADCs require medium gain (>40 dB) 
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Fig. 1. Expectations of fT and fmax. 
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OpAmps to form the integrators. The situation is not so serious 

compared with the pipelined ADCs; however, it is becoming 

more challenging due to supply voltage lowering. A VCO 

(Voltage Controlled Oscillator) exhibits a perfect 1st order 

integrator, thus the sigma-delta ADCs using VCOs have been 

developed [13]. However, a distortion caused by V-F 

conversion, timing jitter, and low order integrators limits the 

ADC performance.   
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Fig. 3. Data rate in 60 GHz transceivers. 

Fig. 2. 60 GHz CMOS transceiver LSIs. 

RF LSI (Left) and mixed signal baseband LSI 

Fig. 4. Negative capacitance and the maximum gain. 

Fig. 5. Gain flatness and the constellation for 16 QAM. Fig. 6. Requirements for the phase noise. 
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Fig. 7. Injection locked 60 GHz I/Q VCO and phase noise. Fig. 8. Transmission line and interconnection structure.  
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Fig. 10. Performance and ADC architectures. 
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Fig. 12. Dynamic comparator using dynamic 

amplifier with offset voltage compensation. 

Fig. 14. Native and compensated 

offset voltages in comparators 

Fig. 17. Noise reduction. 

Fig. 18. Reference voltage circuit and CDAC in SAR 

ADC.

Fig. 19. Interpolated pipeline ADC and voltage diagram.  

Fig. 16. MOM capacitance and capacitance density. 

Vr

Rr Lr

CDEC

Rs

sCα

  sCα1

to Comp.  sCαα 1

10  α

Fig. 15. 5 bit, 2.3 GSps, 12mW, flash ADC 

Transistor size (um2)

0

5

10

15

20

25

0 0.2 0.4 0.6 0.8 1

0

50

100

150

200

250

300

350

オフセット

消費電力

O
ff

se
t 

m
is

m
a

tc
h

 (
m

V
)

E
c

(f
J)

Ec=50fJ3mV

Mismatch compensation


